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Abstract—This paper presents guidelines for designing the
power supply blocks of RF oscillators. To preserve their spectral
purity, the requirements on the noise and ripple of the supply
voltage are firstly evaluated based on the oscillator supply
pushing factor and the oscillator Figure-of-Merit (FOM). Those
specifications are then employed to design and estimate the
power efficiency of an analog low-dropout regulator (LDO) and a
switched-capacitor DC-DC converter. As a proof of concept, a 2:1
or 3:2 switched-capacitor DC-DC converter is implemented and
directly connected to our previously published 4.9 − 5.5 GHz
LC oscillator. The
√ converter provides a 1 V supply voltage with
a noise ≤ 0.9 nV/ Hz at 1 MHz and does not affect the inherent
phase noise of the oscillator. The ripple amplitude of the converter
is 30 mV while its effect is suppressed by the spur reduction block
embedded in the oscillator.
Index Terms—Power supply requirements, switched-capacitor
DC-DC converter, noise analysis, LDO, reverse isolation of power
supply circuits, LC oscillator, spur reduction block.

I. I NTRODUCTION
SCILLATORS are widely used in modern integrated
circuits. Due to the stringent regulation’s requirements
on the spectrum of the oscillator, a lot of effort has been put
to reduce its phase noise (PN) and improve its Figure-of-Merit
(FOM) [1]–[5]. Every oscillator exhibits inherent PN caused
by device noise (e.g., flicker and thermal noise) and the quality
factor of its tank. However, the noise on the power supply
affects the output through the supply pushing factor (KV )
of the oscillator, potentially degrading the PN performance.
To preserve the oscillator spectral purity, it is required that
the PN induced by the supply noise is much lower than the
inherent PN of the oscillator. To this end, usually, a low-noise
low-dropout regulator (LDO) is used to generate a ’clean’
supply for the oscillator. However, the input-referred noise
of the LDO’s voltage reference, error amplifier and feedback
resistors directly appears at its output, potentially degrading
the oscillator PN. Low noise LDOs can be implemented at
the cost of an additional quiescent current [6]–[9], which,
however, impacts the system power efficiency significantly.
For example, in [6], an inductor-based buck-boost DCDC converter is used to regulate the voltage coming from
the storage element. Several LDOs are then employed to
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provide a clean voltage for various supply-sensitive blocks of
a transceiver architecture. Each LDO has a minimum dropout
voltage of 200 mV, which, together with its quiescent current,
makes the whole system power inefficient. On the other hand,
a co-design of a class-D oscillator and an LDO is presented
in [7]. The co-design relies on the fact that the error amplifier
(EA) of the LDO regulates the gate voltage of the tail transistor
directly. To avoid limiting the oscillator PN performance, the
EA operates from a separate supply of 1.2 V and consumes
0.5 mA of quiescent current, meaning that more than 40% of
the power consumption is wasted in the LDO itself.
The primary focus of this article is on the requirements,
analysis and design of the supply blocks of LC oscillators (e.g.,
LDOs, and switched-capacitor DC-DC converters). Section II
derives the voltage ripple and the noise level required by the
power supply of an LC oscillator not to affect its inherent
spectral purity. In Section III, a design guideline for an analog
LDO to meet these supply requirements is presented. As a
result, the derived closed-form equations relate the system
requirements to the LDO’s maximum power efficiency and
its components parameters. Given the poor LDO efficiency
performance, in Section IV, a power efficiency and noise
analysis of a reconfigurable 2:1 and 3:2 switched-capacitor
(SC) DC-DC converter is carried out. A closed-form equation
to estimate the output noise of the SC DC-DC converter
is derived merely based on its equivalent resistance and
capacitance. The insights of this analysis are then used to
design a SC DC-DC converter that meets the requirements
discussed in Section II. Based on the analysis above, a new
scheme in which a DC-DC converter directly powers up our
previously published LC oscillator [10] is presented in Section
V. To mitigate the effects of the ripple generated by the DCDC converter, a spur reduction block is embedded in the
oscillator, which reduces the spurs level by 27 dB. Section VI
presents the measurement results as well as a comparison with
the state of the art. Section VII discusses a possible systemlevel power management solution to supply several supplysensitive blocks. Finally, Section VIII wraps up the paper with
conclusions.
II. S UPPLY N OISE R EQUIREMENTS OF AN LC O SCILLATOR
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The voltage ripple and noise on the power supply can
significantly degrade the oscillator’s spectral purity. In this
section, the requirements on the power supply noise and ripple
are calculated such that the oscillator phase noise and spurious
tones are not limited by the supply.
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A. Power Supply Rejection Requirement
It is well-known that the level of the spurious tones around
the carrier, induced by a sinusoidal supply ripple with an
amplitude of Vm and a frequency of fm can be calculated
by
 K V 2
V m
Sspur = 10 log10
dBc,
(1)
2fm
where KV is the supply pushing factor of the oscillator
expressed in Hz/V [11]. Given the desired spur level, the
maximum supply ripple tolerated by the oscillator can be
calculated by

2 ∗ fm
10 Sspur /20 .
(2)
Vm <
KV
For powering up the oscillator, a cascade connection of a
switched-capacitor DC-DC converter and an LDO is usually
used to simultaneously achieve a higher power efficiency and
larger power supply rejection. The switched-capacitor DC-DC
converter generates a sawtooth-shaped supply voltage with a
peak-to-peak ripple amplitude
Vripple =

IL
,
Cf ly fCLK

(3)

where IL is the current drawn by the oscillator. fCLK and Cf ly
are the converter switching frequency and flying capacitance,
respectively. Considering the sawtooth shape of the DC-DC
converter output voltage, the magnitude of the fundamental
component of the ripple is Vripple /π. As a result, The required
power supply rejection (PSR) of the LDO can be estimated by
P SR =

2
10(Sspur /20)
π · Vm
2πCf ly fCLK
=
.
Vripple
IL KV

(4)

Note that there is a quadratic relation between the PSR and
fCLK , since both the ripple of the DC-DC converter and the
filtering capability of the oscillator simultaneously improve
by increasing fCLK . It, however, comes at a price of a higher
dynamic power consumption to drive the switches of the DCDC converter, potentially degrading the system efficiency.
B. Noise Requirement
The phase noise (PN) performance of an oscillator is
determined by device excess noise factor, and its tank quality
factor and can be calculated by
L(∆f ) = 10log10

 10 −F10OM
103 PDC

f0  2 
,
∆f

(5)

where PDC is the oscillator power consumption, and FOM is
its Figure-of-Merit1 with a typical value of 190-195 dBc/Hz
[12], [13]. f0 and ∆f are the carrier frequency and the offset
frequency with respect to the main tone, respectively. Note that
Eq. (5) is only valid in the thermal noise (20 dB/dec) region
of the oscillator PN. Since the FOM is a general performance
metric for LC oscillators and the variation of its typical value
is not large, its use in Eq. (5) allows to reach more general
1 FOM=
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Fig. 1. (a) Block diagram of a typical LDO topology; (b) its PSR with (blue
line) and without (red line) the use of an external capacitor.

conclusions in the following sections, which are independent
of the oscillator topology and parameters.
On the other hand, the PN induced by the noise on the
oscillator supply can be estimated to be

 K2
2
V
Vn,supply
(∆f )
(6)
Lsup (∆f ) = 10log10
2
∆f
2
where Vn,supply
(∆f ) is the PSD of the supply noise. To
preserve the inherent phase noise of the oscillator,

Lsup (∆f )  L(∆f ),
leading to
2
Vn,supply

−F OM
10 10  f0 2
< 3
.
10 PDC KV

(7)

(8)

Superficially, Eq. (8) indicates that a larger supply noise
can be tolerated at higher oscillation frequencies. However,
the total tank capacitance (Ctot ) is composed of a variable
capacitor used to tune f0 and a voltage-dependent parasitic
capacitance of the oscillator core transistors (Cpar ). Hence, the
effective value of Cpar is modulated by the supply voltage. As
f0 increases, the variable capacitance is reduced, and Cpar becomes a bigger portion of Ctot , thereby increasing KV . Consequently, f0 /KV and the noise requirement remain almost
constant over the operating frequency range. The variation of
the equivalent value of Cpar comes from the fact that the time
interval during which the transistors stay in various operating
regions is altered when the oscillation amplitude varies due
to supply ripple. When the ripple frequency increases, the
time that the transistor stays in each region becomes shorter.
However, its ratio to the period of the supply ripple remains
relatively constant, leading to a similar equivalent value of
Cpar . Therefore, KV is weakly related to the ripple frequency.
III. LDO D ESIGN G UIDELINES AS A VOLTAGE S UPPLY OF
LC O SCILLATORS
Several LDOs are reported in the literature with a power
efficiency higher than 95% [14]–[16], which, however, do not
meet the requirements discussed in the previous section. The
goal of this section is to quantify the efficiency degradation
of an analog LDO while meeting the requirements discussed
in the previous section.

F2
where β = RFR
is the closed-loop gain of the LDO. The
1 +RF 2
power efficiency can be written as
 V − V 

IL
IN
OD
η=
VIN
IL + Ires + IQ
(10)
 V − V 

IL
IN
OD
η=
V
T
VIN
IL + RF 1OU
+RF 2 + IQ

where VOD is the overdrive voltage of transistor MP , IL is
the current drawn by the oscillator, Ires and IQ is the current
that flows through the resistors and the quiescent current,
respectively. VOD , Ires and IQ affect the power efficiency.
Hence, in this section, their minimum value is calculated such
that the oscillator’s requirements are met.
A. Calculation of Ires based on Noise Requirements
A bandgap voltage reference is usually used to generate
Vref . Its noise is filtered out either by placing a big external
capacitor, or by implementing an RC filter with a big on-chip
resistor and a capacitor [17]. Consequently, it is neglected in
the following analysis.
Resistors RF 1 and RF 2 generate an input-referred voltage
noise with a power spectral density (PSD), in V 2 /Hz, of
4kT (RF 1 ||RF 2 ), where k is Boltzmann’s constant and T
is the absolute temperature expressed in kelvin. Their noise
contribution directly appears at the output and it is filtered
only at frequencies above the non-dominant pole of the LDO.
For this reason, one would choose RF 1 and RF 2 as small
as possible while keeping the ratio constant. However, the
lower the value of the resistors, the higher the current (Ires )
flowing through them, thus degrading the power efficiency of
the LDO (Eq. (10)). The PSD of the feedback resistors noise
is multiplied by β12 and appears at the output of the LDO,
RF 1
)4kT (RF 1 + RF 2 ).
resulting in SV,OU T,R = ( R
F2
To not affect the inherent PN of the oscillator, the PN
induced by the feedback resistors must be significantly smaller
(e.g., ∼ 10 times smaller) than the inherent PN of the
oscillator. By using Eq. (7) and Eq. (8), we have
R
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The LDO shown in Fig. 1 consists of an Error Amplifier
(EA), a feedback network (RF 1 and RF 2 ), an accurate voltage
reference (Vref ), and a pass transistor (MP ). The feedback
network provides a scaled version of the output voltage, VF B .
The EA compares Vref with VF B and generates an error signal
VG that modulates the gate terminal of the pass transistor such
that the output voltage VOU T is kept constant. In steady state,
the output voltage can be expressed as
Vref
RF 1 
Vref =
,
(9)
Vout = 1 +
RF 2
β
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Fig. 2. (a) Current density and (b) overdrive voltage of the pass transistor
for different gm /ID values.

Eq. (12) allows to quantify the efficiency degradation due to
the current, Ires , flowing through the feedback resistors.
Assuming PDC = 1 mW, VOU T = 1 V, KV = 40 MHz/V
and F OM = 190√
dBc/Hz, the maximum supply noise is
Vn,supply = 38 nV/ Hz. Furthermore, by using Eq. (12), the
two feedback resistors are found to be RF 1 = 5.3k Ω and
RF 2 = 7 kΩ. As a result, Ires ∼ 80 µA, which results in a current efficiency of 92%. Note that high-performance oscillators
have a higher FOM, posing even more stringent requirements
on the supply noise, and the size of the feedback resistors√
(e.g.,
an FOM of 196 dBc/Hz leads to Vn,supply < 19 nV/ Hz,
RF 1 = 1.8 kΩ, RF 2 = 7 kΩ and Ires ∼ 130 µA).
It is worth to point out that the efficiency degradation due
to Ires does not change with PDC or IL for a constant
VOU T . When IL increases, the noise power tolerated by the
oscillator decreases with the same ratio. Hence, Ires should
proportionally increase to reduce the noise contribution from
. Therefore,
the feedback resistors, leading to a constant IIres
L
the efficiency degradation due to Ires also remains constant.
B. Calculation of IQ based on noise requirements
The input-referred noise of the EA can be written as [18]
 g 2
m3
SV,EA = 2SV,M1 + 2
SV,M3 ,
(13)
gm1
where SV,M1 and SV,M3 , are the power spectral density of the
noise (voltage) generated by M1 and M3 , respectively. Each
of the PSD is made of thermal and flicker noise components.
Given that at higher frequencies, the thermal component is
dominant, in this analysis, the flicker noise is neglected.
Hence,
SV,Mi =

4kT γ
gmi

(14)

where γ is the excess noise factor and it is equal to 32
in strong inversion saturation. By substituting Eq. (14) into
Eq. (13), and assuming M1−4 of the same size, the total noise
at the input of the EA can now be expressed as
SV,IN,EA =

16γkT
.
gm

(15)

The total output-referred noise of the EA can be written as
(12)
SV,OU T =

SV,IN,EA
.
β2

(16)

TABLE I
S UMMARY OF LDO PERFORMANCE AND COMPONENT VALUES
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C. Calculation of VOD based on PSR Requirement
The two poles of the LDO topology shown in Fig. 1 are
located at the gate of MP (ω = ωG ) and at the output node
VOU T (ω = ωOU T ) [19]–[21], and can be calculated by
1

+ (1 + gmP ROU T )CgdP

-40
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ZL

-50

-10

(b)

-15

-

where ID = 2Q is the drain current of M1:4 . Assuming
gm /Id = 12S/A and γ = 23 , IQ must be > 145 µA, further
degrading the power efficiency by a factor of 0.87.
To avoid degrading the oscillator phase noise, Eq. (18)
suggests that IQ should be increased proportionally to PDC
I
for the same VOU T and gm /ID . As a result, IQ
, and therefore,
L
the power efficiency degradation due to the error amplifier is
constant with respect to PDC .

ωG =

0

10

10

10

4

10
5
6
10 Frequency
10(Hz)

10

10

10
7

10

8

10

9

-60

10

10

Frequency (Hz)

By multiplying both sides of (17) by IQ , the quiescent current
can be expressed as
IQ > 10 ∗

MP
vn,out in,out

(a)

-30

5

vn,in

in

It is worth mentioning that due to the gain of the error
amplifier, the noise of the pass transistor MP has a negligible contribution compared to the error amplifier noise when
referred to the LDO input.
Similarly to the noise of the feedback resistors, it can be
assumed that the PN induced by the EA is ∼ 10 times smaller
than the inherent PN of the oscillator (Eq. (7, 8). Hence,
gm > 10 ∗

10

in,out
in

Value

in,in
in

Component
M1:4

rO,EA CgsP
(19)
1
ωOU T =
ROU T COU T
where rO,EA is the output impedance of the error amplifier,
ROU T = RL ||(RF 1 + RF 2 )||rDSP , rDSP is the output
impedance of MP , CgdP and CgsP is the gate-to-drain and
gate-to-source capacitance of MP , respectively. Based on the
location of the dominant pole (ωD ), the LDO topologies can
be divided into two categories [22] whose PSR profile is
sketched in Fig. 1 (b). To have the dominant pole located at
VOU T [23]–[28], one can increase COU T . In this scenario,
the LDO can easily achieve high PSR at high frequencies, as
the output capacitor provides a low-impedance path to ground
for the supply ripple (blue curve in Fig. 1 (b)). To guarantee

Fig. 3. (a) Equivalent small-signal circuit of the LDO with (b) its simulated
transfer functions from in to in,in and in,out when RS = 2 Ω.

stability, the output capacitor is increased in the µ F range.
For LDOs with the dominant pole located at the gate of
MP (ωD = ωG ) [14]–[16], [28]–[30], the value of COU T
is reduced significantly. The corresponding PSR is sketched
with a red curve in Fig. 1 (b). For ωG < ω < ωOU T , due
to reduced loop gain, the PSR degrades and a hump in the
PSR curve is observed. However, at ω > ωOU T , the output
capacitor provides a low-impedance path to ground, thereby
improving the PSR. In order to favor full-system integration,
the cap-less LDO solution is chosen, whose dominant pole
needs to be located at the switching frequency of the DC-DC
converter (e.g. fD = fCLK = 10 MHz).
The peak of the PSR hump is located at the unity-gain
REQ
, where REQ =
frequency and it is equal to REQ +r
DSP
RL ||(RF 1 + RF 2 ). To guarantee a PSR of 0.5 around the
hump, rDSP = REQ ≈ RL is required. Hence, the length of
MP can be calculated as

rdsP =

1
Va LP
REQ IL
=
⇒ LP =
= 0.1 µm
λIL
IL
Va

(20)

where Va = 10 V/µm.
To guarantee a phase margin of 60◦ with a PSR of −40 dB,
the frequency of the non-dominant pole should be located a
frequency ∼ 400 times higher than the dominant one, i.e.,
fN D > 400fCLK . Consequently, by employing Eq. (19),
the total output capacitance should be < 100 f F . As will
be shown shortly, the width of MP should be maximized
to reduce its overdrive voltage and improve the LDO’s efficiency. Therefore, it is desired that the parasitic capacitance
of MP absorbs all available Cout . Also, any extra decoupling
capacitance would push the non-dominant pole closer to the
dominant one, potentially affecting the stability of the LDO.
Cout is dominated by the drain-to-bulk, Cdb , and drain-to-gate,
Cdg , capacitances of MP :
Cout = Cdb + Cdg = Cov W + 0.5Cjbd W E + Cjbdsg W ≈
≈ 500 pF/m · W
(21)
where Cov = 50 pF/m is the overlapped capacitance per unit
width, Cjbd = 1.4 mF/mm2 is the bulk-to-drain junction
capacitance per unit area, E = 140 nm and Cjbdsg =
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Fig. 6. Simulated phase noise degradation of the LC oscillator when its supply
noise exceeds the value estimated by Eq. (8).

300 pF/m2 . Hence, the maximum width of MP to guarantee
enough PSR at fCLK is WP = 200 µm.
Fig. 2 (a) shows the current density for different gm /ID
values for the pass transistor. Given, IL = 1 mA and WP =
200 µm, a gm /ID of 12 can be achieved. Consequently, MP
can operate in the weak-inversion region with only VOD
of 125 mV, as can be gathered from Fig. 2 (b). This further
degrades the power efficiency of the LDO by a factor of 0.89.
If PDC increases, RL proportionally decreases for a constant VOU T . Hence, to keep ωOU T the same, COU T should be
increased by the same ratio. This, in turn, leads to an increase
in the width of MP , which makes the current density of the
pass transistor relatively constant, resulting in a similar overdrive voltage. Consequently, the power efficiency degradation
due to VOD is not a function of PDC .
D. Satisfying the PSR requirement
The PSR at frequencies below the dominant pole of the
LDO can be expressed as
P SR =

SM
SM
≈
1 + LGDC
AEA AM P β

(22)

R

where SM = Req +reqDSP , LGDC = AEA AM P β is the loop
gain of the LDO at DC, AEA is the voltage gain of the EA,
while AM P is the voltage gain of the pass transistor and can
be written as
AM P = gmP ROU T = gmP · RL ||(RF 1 + RF 2 )||rDSP . (23)
2 Note that C , C
ov
jbd , and Cjbdsg are technology-dependent parameters
and the values used here are from a 40-nm CMOS technology.

AEA can be written as
AEA = gm rO,EA = 0.5

gm
Va L1 .
IQ

(24)

Consequently, the length of the error amplifier devices to
satisfy the PSR requirement can be calculated by
L1 >

gm
IQ

2SM
· Va · β · AM P · P SR

(25)

By considering PSR = -40 dB, and the relevant parameters
calculated in the previous sub-sections, the minimum length
of the transistors in the error amplifier should be 280 nm.
E. Reverse Isolation of Analog LDOs
In a complex System-on-Chip (SoC), there might be some
noise coupled to the output of the LDO due to the activity of
other aggressor modules. In this subsection, its side effects on
the LDO’s input and output voltages are investigated. Fig. 3 (a)
shows the equivalent small-signal representation of the LDO.
It is assumed that the LDO is powered by a battery, whose
output resistance is RS . It can be shown that the resulting
current noise at the LDO’s input (in,in ) from the injected noise
(in ) can be expressed by
gmP ZL A(s)β
in,in
(s) =
.
in
1 + gmP RS + gmP ZL A(s)β

(26)

Note that LG = gmP ZL A(s)β is the open-loop gain of
LDO, which is much larger than 1 for frequencies below the
dominant pole. Hence, Eq. (26) can be approximated as
in,in
(s) ∼ 1.
(27)
in

This equation indicates that the injected current noise directly
appears at the input, and is then converted into voltage
noise thorough the resistor RS . Consequently, it is critical to
minimize RS to avoid the propagation of the injected noise to
other blocks. Similarly, due to in , the current noise flowing to
the LDO’s load (in,out ) can be expressed as
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At frequencies lower than the dominant pole, LG  1 
gmP RS . Hence, Eq. (28) can be simplified to
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Fig. 7. Circuit representation of a 2:1 topology (left); and a reconfigurable
2:1, 3:2 switched-capacitor DC-DC converter (right).

(29)

Interestingly, the LDO attenuates any noise injected at its
output by the loop gain.

F. Verification
To verify the guidelines developed in the previous subsections, an LDO is designed accordingly, and its simulation
results are compared with the requirements and calculations.
Table I reports the component values used in the simulation.
Fig. 4 (a) shows the magnitude and the phase of the openloop transfer function. The location of the dominant pole,
fD ∼ 10 MHz, and non-dominant pole, fN D ∼ 4 GHz, are
in close accordance with the calculated values, leading to
a phase margin of ∼ 60◦ . Fig. 4 (b) shows the closed-loop
transfer function from Vref to VOU T normalized to 1/β. This
shows that, for frequencies below fN D , any noise at the input
of the error amplifier directly appears at its output, proving
that the noise generated by the feedback resistors and the
error amplifier plays an important role and should therefore
be minimized.
Fig. 5 (a) shows the simulated output noise √
of the LDO
versus frequency. The noise floor is < 38 nV/ Hz, which
is in line with the calculations, thereby satisfying the requirements. Otherwise, the phase noise of the oscillator would be
degraded, as shown in Fig. 6, where an external white noise
is added to its supply. Fig. 5 (b) shows the simulated PSR of
the LDO. The PSR hump ∼ −6 dB, which is in accordance
with the predicted value. At frequencies below the dominant
pole (i.e., fD ≈ 10 MHz), the PSR is ∼ −40 dB, as predicted
by Eq. (22). In the simulation, the efficiency degradation due
to Ires , IQ , and VOD is 0.92, 0.87 and 0.89, respectively,
leading to a total power efficiency of 71%. Those values are
in agreement with our analysis.
Finally, Fig. 3 (b) illustrates the simulation results related to
the injected current noise at the LDO’s output. As expected
from our analysis in Section III. E, the LDO does not offer
any filtering at f ≤ fD , and all the injected noise directly
appears at the input. On the other hand, only a small fraction
of the injected noise flows through the load. However, for
frequencies f > fD , this amount significantly increases due
to the reduction of the EA gain until the output non-dominant
pole provides a low impedance path to ground for the noise.
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Fig. 8. (a) Equivalent model of a SC DC-DC converter with the noise current
in used for the calculation of the transfer function; (b) its output resistance
versus the switching frequency and (c) the simulated transfer functions from
in to in,in and in,out .

IV. P OWER E FFICIENCY AND N OISE A NALYSIS OF A
2:1-3:2 DC-DC C ONVERTER
In this section, a switched-capacitor cell capable of providing a conversion ratio (CR) of 2:1 or 3:2 is first introduced.
Then, based on its working principle, the output noise is
derived, and the converter is designed to minimize the output
noise while maximizing the power efficiency.
A. DC-DC converter working principles
The left side of Fig. 7 shows the circuit representation of a
2:1 switched-capacitor (SC) DC-DC converter. It is made of a
charge transfer capacitor, Cf ly , and four (two PMOS and two
NMOS) switches driven by two non-overlapping clock phases,
φ1 and φ2 . Using an energy-conservation analysis, one can
express the output voltage, VOU T = VIN
2 [31].
Two 2:1 stacked topologies are connected by an additional
switch, M5 , allowing the implementation of a 3:2 topology
(VOU T = 2V3IN ), as shown in the right side of Fig. 7. When
used in the 2:1 configuration, M5 is always turned off and the
two 2:1 topologies are connected in parallel. When used in the
3:2 configuration, switches M4 and M7 are always off and the

two flying capacitors are charged in parallel and discharged in
series.
B. Power efficiency
Fig. 8 (a) shows the equivalent model of a SC DC-DC
converter, in which CR = { 21 , 32 } is the conversion ratio.
The key power-loss contributions in a switched-capacitor DCDC converter are the switching losses (due to the dynamic
operation of the switches) and the conduction losses (due to
the output impedance of the converter). Consequently,
2
PLOSS = nCg Vsw
fSW + ROU T IL2 ,

(30)

where n is the number of switches operating at fSW with
a clock voltage swing of Vsw , and Cg is the equivalent gate
capacitance of each switch. ROU T is the converter’s output
impedance, and can be estimated by [32], [33]
s
q
2

ρ
2
+ RF2 SL =
+ (αRon )2 ,
ROU T = RSSL
Cf ly fSW
(31)
where ρ = { 41 , 29 } and α = {2, 14
}
are
topology
dependent
9
parameters in the 2:1 and 3:2 topology, respectively. RSSL
and RF SL are the resistances in the slow (red curve) and fast
(blue curve) switching region, respectively (see Fig. 8 (b)). To
simultaneously reduce the output voltage ripple and maximize
the power efficiency, it is required that the converter operates
at the boundary of the slow and the fast switching regions.
Hence, ROU T = αRon , and the contribution of the resistances
in the two different regions should be the same, leading to
ρ
RSSL = RF SL ⇒ fSW = fopt =
.
(32)
αCf ly Ron
By substituting the optimum frequency to Eq. (30), the power
loss can be expressed as
PLOSS =

2
n · ρ · Cg Vsw
+ αRon IL2 .
αCf ly Ron

(33)

As can be gathered from this equation, the power loss is a
function of Cg , and Ron , which both are related to the switch
width (W ). Hence, PLOSS can be rewritten as
PLOSS =

2
W2
ron 2
n · ρ · Cg Vsw
+α
I ,
αCf ly ron
W L

TABLE II
S UMMARY OF THE DC-DC CONVERTER KEY PARAMETERS
Parameter
Wopt

2:1 mode
130 µm

3:2 mode
93 µm

Ploss

117 µW

126 µW

η

89%

87%

Cf ly should also increase accordingly to keep the ripple
amplitude constant (see Eq. (3)). Consequently, as can be
gathered from Eq. (34) and (35), Wopt and PLOSS increase
linearly with IL . As a result, both the the power efficiency
and fopt remain constant with respect to IL .
C. Noise analysis
From noise point of view, a switched-capacitor DC-DC
converter can be modeled by the equivalent circuit shown in
Fig 9 (a). Req is the equivalent resistance of the switches that
are involved in each phase of the conversion. Assuming all
the switches have the same Ron ,


2Ron , in φ1 and φ2 of the 2:1 mode
(36)
Req = 2Ron , in φ1 of the 3:2 mode


3Ron , in φ2 of the 3:2 mode
On the other hand, the equivalent capacitance can be calculated
by
 Cf ly COU T

 Cf ly +COU T , in φ1 and φ2 of the 2:1 mode


Cf ly COU T
Ceq = Cf ly
+2COU T , in φ1 of the 3:2 mode



 Cf ly COU T
4COU T +Cf ly , in φ2 of the 3:2 mode.
(37)
During the tracking phase (blue phase in Fig. 9 (b)) the
switches due to their Ron , produce a noise voltage with a PSD
equal to m4kT Req , where m = 0.5 is the duty cycle. As can
be gathered from Fig. 9 (c), the thermal noise generated by the
resistors is shaped by Ceq with a time constant of τ = Req Ceq .
As a result, the PSD of the noise voltage across the equivalent
capacitor during the tracking phase can be written as

(34)

where Cg and ron are the capacitance and on-resistance of
a unit-width transistor, respectively. To maximize the power
efficiency, Eq. (34) should be minimized with respect to W ,
leading to

 13  αr I  32
Cf ly
on L
Wopt =
.
(35)
V
2 · n · ρ · Cg
SW
F
Assuming ron = 5 · 103 Ω · µm, Cg = 6 · 10−15 µm
,
Cf ly = 1 nF, VSW = 2 V and POU T = 1 mW (VOU T =1 V,
and IL =1 mA), the optimal width is Wopt = 130 µm, resulting
in fSW ∼ 10 MHz. Table II reports the optimal switch width,
the minimum power loss and the estimated efficiency for the
DC-DC converter in the 2:1 and 3:2 configurations.
It is worth to mention that the power efficiency does not
depend upon the delivered output current. As IL increases,

Sd (f ) =

m4kT Req
.
1 + (2πf τ )2

(38)

At the end of tracking phase, the switches are open and the
noise previously sampled is now held on Ceq (red phase in
Fig. 9 (b)). As a consequence, aliasing due to the sampling of
the noise occurs [34]. In particular, the noise at frequencies
higher than fSW
is folded back into the 0-to- fSW
range and
2
2
adds up to the thermal noise. The PSD due to the aliasing of
the sampled noise during the holding phase is sketched in Fig.
9 (d). It has a sinc2 shape, and can be written as
Sf ol (f ) = (1 − m)2

sin2 [(1 − m)πf /fSW ] 2kT
. (39)
[(1 − m)πf /fSW ]2 Ceq fSW

1
If the bandwidth of the equivalent circuit (BW = 2πReq
Ceq )
is larger than fSW /2, the summation of all the folded noise
leads to a flat PSD over 0-to- fSW
with an amplitude that is
2
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Fig. 9. (a) Equivalent circuit model for the DC-DC converter in the 2:1 mode (b) output noise waveform during the tracking and the holding phases (c) PSD
of the resistor (Req ) shaped by the capacitor (Ceq ) during the tracking phase (d) PSD during to the holding phase and (e) a sketch of the total PSD (black
line) due to the aliasing of the sampled noise.
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Similarly to the approach used for the LDO, this subsection
investigates the side effects of a noise coupled into the output
of the DC-DC converter. When a current noise, in , is injected
at the output node of the converter shown in Fig. 8 (a), the
current noise that reaches the input can be expressed as
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Fig. 10. Calculated (solid line) and simulated (dotted line) output noise of the
DC-DC converter for the (a) 2:1 and (b) 3:2 configurations with Cf ly = 1 nF,
COU T = 1 nF, Ron = 30 Ω and fSW = 1.25 MHz.



(1−m)2 πBW
m
fSW



times higher than the PSD of the switches’
resistance itself [34], [35], as illustrated in Fig. 9 (c). In this
(1−m)2
region, the PSD of the converter is dominated by 2kT
Ceq fSW ,
thus further reducing Ron would degrade the power efficiency
without improving the noise performance. However, at frequencies between fSW
and BW , the noise due to aliasing
2
starts to fade out and the total PSD is dominated by the
thermal noise of the equivalent resistance. At frequencies
higher than BW , the noise due to Req is filtered by the
equivalent capacitor.
Since the noise across Ceq is uncorrelated during phases
φ1 and φ2 of the converter, their PSDs should be added
together. Hence, the total output-referred, single-sided PSD
can be written as


S(f ) = A2V Sdφ1 (f ) + Sdφ2 (f ) + Sf olφ1 (f ) + Sf olφ2 (f ) ,
(40)
where Sdφ1 (f ), Sdφ2 (f ), Sf olφ1 (f ) and Sf olφ2 (f ) are the
PSD due to the direct and the folded noise during φ1 and
φ2 . AV is a scaling factor for referring the noise to the output
and can be calculated by
AV =

Ceq
.
COU T

(41)

in,in
RL
.
= CR ·
in
RL + ROU T + RS · CR2

(42)

Since RL  (ROU T + RS · CR2 ), Eq. (42) can be simplified
to CR. In contrast to the LDO structure, the injected current
noise is firstly attenuated by CR (e.g., CR = 0.5 or 0.66) when
it is referred to the input and then be converted into voltage
noise through resistor RS . Similarly, due to in , the current
noise that flows through the load can be written as
in,out
ROU T
ROU T + RS · CR2
≈
=
.
(43)
in
RL + ROU T + RS · CR2
RL
This equation reveals that the output current noise is also
reduced by the converter. However, the attenuation is smaller
compared to that of the LDO, where the noise is attenuated
by the open-loop gain.
E. Verification
The noise of a DC-DC converter with Cf ly = 1 nF,
COU T = 1 nF, fSW = 1.25 MHz and Ron = 30 Ω is
simulated in Cadence by means of a Pnoise simulation. As
shown in Fig. 10, the simulation results are in close accordance
with the predicted values of Eq. (40) for the 2:1 and 3:2
configurations. At any frequency, the noise of the DC-DC
converter is well below√the noise voltage tolerated by the
oscillator (i.e. < 38 nV/ Hz @10 MHz).
Fig. 8 (c) shows the simulation results related to the injected
current noise at the converter’s output. At DC, the simulation
results are in close accordance with Eqs. (42) and (43). For

VIN
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VIN clock phase gen.
M1

i,1

S1

2:1 or
3:2

M2

VOUT

CR

VIN
M3

i,2

S2
M4
0

800 ns

1

Tf

Tr

Fig. 11. (a) Schematic of the non-overlapping phase generator; (b) System level representation showing the 2:1 or 3:2 reconfigurable SC stage directly
connected to the oscillator.

(a)

(b)
Fig. 12. Monte Carlo simulations (100 runs) of the non-overlapping time
between Φ1 and Φ2 (a) for the rising (Tr ), and (b) for the falling event (Tf ).

frequencies above 10 MHz, the input-referred noise is gradually being filtered by the on-chip flying capacitance of the
converter. Whereas, the output referred noise is hardly filtered,
as can be gathered from the red curve. This is mainly due
to the lack of the output filtering capacitance of SC DC-DC
converters.
V. S YSTEM D ESIGN
Given the clear advantages in terms of output noise and
power efficiency of the SC DC-DC converter compared to an

LDO-based approach, in this section an alternative solution is
proposed, in which the DC-DC converter directly powers up
the oscillator.
The DC-DC converter consists of a 2:1 or 3:2 stage, as
discussed in the previous section. The stage is divided into
8 smaller units driven by 8 interleaved phases (Φ0 , .., Φ7 ), as
shown in Fig. 11. The total on-chip capacitance Cf ly = 1 nF is
equally divided into the 8 units, while each switch has a width
W
of ∼ 8opt and is operated at fSW = fCLK
= 1.25 MHz, as
8
discussed in the previous section. The practical implementation of this technique comes at the expense of circuit overhead
due to the generation and routing of all the different phases.
From circuit simulations, 8 interleaving units are found to
be the best trade-off between circuit overhead and benefits
coming from the interleaving technique. By implementing an
interleaved converter, the output capacitance COU T can be
omitted, as each unit sees a load capacitance equal to the flying
capacitance of the other units operated in the opposite phase.
In [36], the benefits of adopting such an interleaving technique
are further discussed.
Each unit generates two non-overlapped clock phases, φ1
and φ2 directly from ϕi . To ensure non-overlapped condition
between φ1 and φ2 , each of the 8 units embeds a nonoverlapping circuit, whose schematic is shown in Fig. 11 (a).
To quantify the non-overlapping time, Tr (Tf ) is defined as
the time difference between the falling (rising) edge of φ1 (φ2 )
and the rising (falling) edge of φ2 (φ1 ). By adding switches
S1 and S2 , which are directly driven by, φ1 and φ2 , each
phase of the clock can change state only when the other phase
has already switched, thus guaranteeing the non-overlapping
condition. To guarantee that the non-overlapping condition is
satisfied over process variation and device mismatch, a MonteCarlo simulation with 100 points has been performed, and the
results are shown in Fig. 12. Both Tr and Tf are always greater
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Fig. 13. Simulated output noise of the 8-unit interleaving converter for the
two different configurations.

than zero, proving that the non-overlapping condition is met.
Fig. 13 shows the simulated output noise of the interleaved
DC-DC converter in the 2:1 and 3:2 mode. The output noise
of the converter is always below√the noise requirement derived
in Section II (i.e., < 38 nV/ Hz), thereby preserving the
oscillator inherent PN.
Fig. 11 (b) shows the block diagram of the oscillator with its
spur-reduction block (SRB), which is based on our previous
work in [10]. In the conventional LDO-based approach, the
tail transistor, M0 , which is used to adjust the DC level
of the oscillator current I0 , is placed in cascade with the
pass transistor of the LDO, whose function is to stabilize
the internal supply voltage of the oscillator. By removing
the LDO, M0 is now directly connected to the converter
output. In this design, M0 also contains a bank of unit
transistors M0,i that can be switched on separately through the
corresponding transmission gate (TG) to set the DC level of I0
for optimum oscillator performance. Meanwhile, to tolerate the
ripple on the converter output, a conventional oscillator biasing
network is modified into the SRB with only 20 µA extra power
consumption. The SRB replicates the supply ripple to the gate
terminal of M0 with a proper gain G, in order to stabilize
I0 under supply variation, which in turn suppresses the spur
level at the oscillator output. The optimum gain Gopt is found
by sweeping the control code of the variable gm stage with a
finite-state machine (FSMO ). Once the monitored oscillation
amplitude variation at fSW reaches its minimum, FSMO fixes
the corresponding gain as Gopt . Such a calibration process is
only performed at the system start-up, and the same calibrated
Gopt is used for the rest of the operation. Note that for the
extra noise of the SRB, only those around the DC and even
harmonics of the oscillation frequency (f0 ) would be converted
to phase noise [37]. The PN degradation due to the flicker
noise of the SRB around DC is suppressed by tuning the
common-mode resonance frequency of the oscillator to around
2f0 [13], [38]. For thermal noise at even harmonics of f0 ,
their effect is suppressed due to the limited bandwidth of the
SRB. For good enough spur suppression, the bandwidth of
the single-pole SRB is ∼ 200 MHz in this design to guarantee
replicating the ripples with low enough phase shift. In contrast,
f0 is in gigahertz range (i.e., 4.9-5.5 GHz in this design).
Hence, the thermal noise of the SRB is suppressed by at least
33.8 dB, and becomes negligible. A more detailed description

Fig. 14. Chip micrographs of (a) the DC-DC converter, and (b) the oscillator;
(c) A photo highlighting their direct connection.

of the SRB can be found in [10].
VI. E XPERIMENTAL R ESULTS AND C OMPARISON
The DC-DC converter and the oscillator have been fabricated in the same standard 40-nm CMOS process. Their
chip micrographs, as well as a photo highlighting their direct
connection, are shown in Fig. 14. The two circuits occupy
an active area of 0.6 mm2 and 0.23 mm2 , respectively. The
fCLK = 10 MHz clock signal of the DC-DC converter is
provided externally, while the 8 phases at fSW = 1.25 MHz
are generated on-chip.
A. Measurement Results
In Fig. 15 (a), the simulated and the measured power efficiency of the DC-DC converter in the two configurations
and for different VIN values are shown. The average currents
needed to compute the power efficiency are measured with
a Keithley 6430 source-meter. The peak power efficiency is
83% and 80% for the 2:1 and the 3:2 mode, respectively. In
the 3:2 mode, the output impedance of the converter increases,
degrading the power efficiency, as predicted by Eq. (34). The
overdrive voltage of the switches is proportional to VIN . As a
consequence, at lower values of VIN , the Ron of the switches
increases and therefore the power efficiency tends to degrade.
Fig. 15 (b) shows the DC-DC converter output voltage waveform in the 2:1 mode, while powering up the oscillator. The
ripple frequency equals the converter’s switching frequency
(i.e., 10 MHz), while the ripple amplitude is ∼ 30 mV.
The spectrum of the output voltage of the DC-DC converter
is shown in Fig. 15 (c) and (d) (black line) for the 2:1 and 3:2
configurations, respectively. The main tones are located at multiple integers of fCLK , whereas the frequency components due
to the interleaving technique are located at multiple integers
of fCLK /8 = 1.25 MHz. Those components are much smaller
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Fig. 15. (a) Measured power efficiency versus VIN ; (b) output voltage of the DC-DC converter when directly connected to the oscillator; (c) spectrum of
the output voltage of the DC-DC converter without (black line) and with (blue line) the use of an LNA in the 2:1 mode and (d) the 3:2 mode; (e) phase noise
of the oscillator when powered by an ideal supply and the DC-DC converter in the 2:1 mode and 3:2 mode for f0 = 5.5 GHz and (f) f0 = 4.9 GHz.

than the main tones, hence they do not appear in the spectrum
of the oscillator, as the SRB will greatly suppress them. The
measurement of the output noise of the DC-DC converter is
limited by the noise floor of the spectrum analyzer. Hence, an
LNA with a gain of 35 dB is placed after the DC-DC converter.
The resulting spectrum is shown in Fig. 15 (c) and (d) (blue
curve) for the 2:1 and the 3:2 configuration, respectively. When
the LNA is used, the amplitude of the peaks is amplified by
35 dB, whereas the noise is amplified by only 7 dB (in the 3:2
mode), proving that the measure is not longer limited by the
noise floor of the spectrum analyzer. At around 13 MHz, the
measured noise in the 2:1 configuration integrated over the
resolution bandwidth of the spectrum analyzer (100 kHz) is
≈ −88 dBm. As a result, the spot noise at around 13 MHz is
−88 dBm
√ − 35 dB − 10log10 (100kHz) = −173 dBm/Hz ≈
0.5 nV/ Hz. It is in close accordance with the simulated
value (Fig. 13), and much √
lower than the supply noise tolerated
by the oscillator (38 nV / Hz @ 10 MHz).
Fig. 15 (e) and (f) show the phase noise of the oscillator
when powered from a noise-free supply and from the DC-DC
converter in the two different configurations for the oscillator
frequency of 5.56 GHz and 4.9 GHz, respectively. The inherent
PN of the oscillator is not degraded, proving that the condition
imposed by (7) is met and the supply does not limit the
oscillator performance. The spectrum of the oscillator powered
by the converter is also shown in Fig. 16. The spur level at the
initial gain setting of the SRB, which corresponds to G ≈ 1, is
as high as -40 dBc. After performing an automatic calibration

to find the optimum gain setting, the spur level is reduced by
about 27 dB and reaches -67 dBc. It is worth mentioning that
27 dB represents the difference of the spur levels between the
initial and optimal gain setting of the SRB, which does not
represent the PSR of the SRB.
B. Comparison with the State of the Art
Table III summarizes the performance of the system and
compares it with a conventional LDO-based approach. Since
the SRB is always functioning, the equivalent PSR of our
approach in this table is calculated by the difference between
the spur level measured at optimum setting and the calculated
one based on the simulated KV of the oscillator without
SRB. Compared to [6] and [7], our approach exhibits the
lowest output noise and a high PSR without the use of
an LDO or any external component, thereby avoiding the
LDO voltage headroom while achieving the highest power
efficiency. Therefore, our work is more suitable for full system
integration. Two independent LDO designs ( [26], [39]) with
relatively high PSR are also added to the table of comparison
to highlight the advantages of our structure. [26] requires an
external output capacitor, making the voltage regulator bulky.
[39] employs a cap-less solution with a drop-out voltage of
200 mV, bringing its power efficiency below 80%.
VII. D ISCUSSION
In a real system-on-chip (SoC), beside the oscillator, there
are other modules, that need to be powered with an appropriate
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Fig. 16. Oscillator spectrum before and after calibration when directly
powered by the DC-DC converter in 2:1 (a) and 3:2 mode (b).

voltage . Conventionally, one LDO is used for each module
to isolate its supply from others. As shown in Section III. E,
below the LDO’s dominant frequency, the current noise generated by the aggressor module would not be filtered and would
directly appear at the LDO input. Due to the typically small
impedance of the power source, the resulting voltage noise is
also small. This voltage noise would be further suppressed by
the PSR of the oscillator’s LDO. Similarly, in our proposed
scheme, a separate DC-DC converter should be designed for
each module. As shown in Section IV. D, the injected current
noise at the output of the converter of the aggressor block is
first reduced by the CR when referring to the input and then
converted to voltage noise with the small impedance of the
power source, RS . Another converter would then suppress the
generated voltage noise by CR when supplies the oscillator.
The rest of the rejection is guaranteed by the SRB that provides
an equivalent PSR as the LDO. Consequently, the proposed
approach enjoys the additional attenuation of CR2 compared

In this paper, we have developed guidelines for designing
the supply voltage block of LC oscillators to preserve their
spectral purity. First, the requirements on the ripple and noise
of the supply have been quantified. An analog LDO and a
switched-capacitor DC-DC converter were designed to meet
those requirements. Given the poor LDO efficiency, a 2:1
or 3:2 switched-capacitor DC-DC converter is implemented
and, as a proof of concept, it is directly connected to the
oscillator. The converter’s peak √
power efficiency is 83%, while
its output noise is < 0.9 nV/ Hz at 1 MHz and does not
degrade the inherent oscillator phase noise. The spur reduction
block embedded in the oscillator suppresses the spurs induced
by the DC-DC converter ripple down to −67 dBc.
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